I. INTRODUCTION

U
LTRALOW power (ULP) radios have received a lot of attention recently, especially for short-range low-data rate applications in wireless sensor networks (WSNs) and Internet of Things. However, for radios to coexist with the many wireless standards in the ISM bands (Bluetooth, WLAN, ZigBee, and so on.), interference robustness of ULP receivers (RXs) is a challenge in the limited power budget (∼100 μW) [1] . Several works [2] - [9] have been published recently for the implementation of ULP RXs. Reference [2] proposes a superheterodyne RX combined with a low-power local oscillator (LO). However, the LO requires an external inductor to achieve good phase noise to avoid reciprocal mixing at low power, while nonlinearity and limited RF filtering make it vulnerable to in-band interferers. To reduce the number of external components, envelope detector (ED)-based RXs are proposed [3] - [7] . However, their selectivity and linearity are poor if an external high-Q filter is not used. By sending two narrowband signals, which are spaced by a small frequency offset to the ED based RX [8] , the problem can be partially solved. This is because after the ED, the intermodulation product from the two signals will locate at the frequency offset instead of dc and will not overlap with the interferers except for some specific interferer frequencies. However, to obtain good sensitivity in such ED-based RXs, high gain low noise amplifiers (LNA) are needed. Since these LNAs process the entire frequency band, strong in-band interferers will quickly saturate these LNAs, compressing the signal gain [4] - [8] .
To break the tradeoff between power, sensitivity, and linearity, while improving the interference robustness, we propose a ULP RX that uses two techniques: transmitted-reference (TR) modulation and shifted limiters (SLs) [9] . Compared with [9] , theoretical background is added in this paper, as well as circuit details and new measurements are given. The rest part of this paper is structured as follows. Section II illustrates the basic concepts and principles of TR and SL. Section III explains the circuit details of the proposed RX, and the corresponding measurement results are included in Section IV. Finally, the conclusions are drawn in Section V.
II. IMPROVING INTERFERENCE ROBUSTNESS
This section presents the two main concepts that allow the interference robustness of the RX: TR (Section II-A) and SLs (Section II-B). The latter needs envelope tracking, which is discussed in Section II-C.
A. Transmitted-Reference Modulation
Unlike narrowband modulation, spread-spectrum (SS) modulation [10] can cope better with narrow interferers and 0018-9200 ©2016 IEEE. Personal use is permitted, but republication/redistribution requires IEEE permission.
See http://www.ieee.org/publications_standards/publications/rights/index.html for more information. fading dips in the channel due to its frequency-independent selectivity and wideband transmission. However, in the RX, the spread sequence has to be locally generated as a reference to synchronize the received signal, which will take extra time [11] , preventing the extreme duty-cycling common in WSNs. To shorten the synchronization time, TR [12] modulation is proposed, as shown in Fig. 1 . The TX output consists of the (upconverted) addition of two signals: a spread sequence, and that same sequence, which is modulated and shifted in frequency by ω. The output signal from this transmitter can thus be written as
where m(t) is a pseudorandom sequence for SS modulation, randomly switching between 1 and −1, satisfying m 2 (t) = 1. D(t) is the desired data, ω sig is the carrier frequency, and ω is a small frequency offset ( ω sig /100). The phase of the TX signal is irrelevant, as it will be autocorrelated in the RX. The main difference with typical SS is that the spread reference sequence is not generated in the RX but included in the output signal of the transmitter, shifted by ω. If we neglect the propagation loss and noise from the wireless channel, the RX input signal V RXin (t) is equal to V TXout (t), and the spectrum is displayed in the left of Fig. 2(a) . Then, after the x 2 ED, the signal V SQout (t) is given by
A practical ED will also contain higher order terms, but we focus on the term around ω, which is equal to D(t) cos ωt. By mixing everything down to ( ω − ω IF ) and filtering it by the baseband filter, the output signal V IFout (t) is given by
where ω IF (< ω) is the frequency of the LO at the intermediate stage. V IFout (t) is then demodulated in the baseband processor. Now, when an interferer falls into the band of interest, the RX input signal changes to
where V int (t) is the interferer amplitude and ω int is the frequency of interferer. Then, the output signal of the intermediate stage is derived as [neglecting the frequency terms, which can be rejected by the band-pass filter at (
The corresponding illustration in the frequency domain is shown in Fig. 2(b) . m(t) spreads out the interferer to a wider frequency range, so most of the undesired power is rejected by the band-pass filter, improving the signal-to-interference ratio (SIR). When multiple interferers fall into the interested band, the TR modulation will become less effective, because after ED, the nonspread intermodulation tones between these interferers could be very close to ω. In the worst case, if the frequency distance of two interferers is equal to exactly ω, their intermodulation product will be located at ω, severely degrading the SIR. The m(t) bandwidth is chosen based on the knowledge that a wider spreading bandwidth can enhance the interference robustness. However, the maximum spreading bandwidth is limited by the available spectrum and the power budget of the system. Regarding the choice of ω, a higher ω will make the downconverted signal less sensitive to flicker noise. The maximum ω is limited both by the available spectrum and by the coherence bandwidth of the channel (the two frequency-shifted bands should see the same channel in order to have sufficient correlation for demodulation).
In summary, TR modulation has three advantages. First, compared with narrowband modulation, it provides frequencyindependent selectivity to suppress in-band interferers and is more robust to fading dips in the wireless channel. Second, unlike general SS, since the synchronized reference is included in the received signal, the synchronization can be instantaneous by using an ED. Hence, no start-up time is needed for synchronization of the spreading sequence. Third, due to the frequency offset ω in the received signal, the desired data are not downconverted to dc but to ω (Fig. 2) . This can help to reduce the influence of dc offset and flicker noise.
B. Shifted Limiters
Since an ED is used to replace the LO for frequency downconversion, an LNA with considerable voltage gain (>40 dB) is needed to obtain a decent noise figure (NF) [4] - [8] . This is common in ED-based RXs, but it has the drawback that when a strong interferer is present, it will move the RX chain into compression and reduce the wanted signal gain. We take a strong interferer + wanted signal as the input
where V int and V sig represent the interferer and desired signal amplitudes, respectively, and the interferer frequency ω int is close to the signal frequency ω sig . The LNA can roughly be modeled as a constant linear gain G S with clipping points V TH and V clip , assuming the gain is 0 below V TH and above V clip , as shown in Fig. 3 . Then, the transfer function can be defined as
Then the conversion gains of interferer and signal are derived as (see the Appendix)
where PDF sin = 1/(π(V 2 int − x 2 ) 1/2 ) for −V int < x < V int and = 0 for others, is the probability density function (pdf) of a sinusoidal wave. Equation (8) shows that if V sig V int , G int can be approximated as the ratio between the fundamental tone of the interferer output and its input counterpart. The physical meaning of (9) is that since the biasing point x of the LNA is varied by the sinusoidal amplitude of the interferer (V int sin ω int t), the effective small signal gain of the LNA will be the normal small signal gain, weighted by the amplitude probability density of the interferer. Hence, if the amplitude pdf of the interferer is known, G sig can be calculated by (9). The above analysis is visualized in Fig. 4 (a), which shows the PDF sin of V int when the linear region of the LNA is centered around the middle of V int . It can be seen that since most of the signal power is presented in the interferer peaks, the low value of PDF sin will cause deterioration of G sig . To avoid this compression, the typical method is to widen the linear range to cover the full PDF sin , but this will increase the power consumption. In our case, instead of increasing the linear range, we move it to one of the interferer peaks [ Fig. 4(b) ]. Then the PDF sin within the linear range becomes higher, relaxing the compression of G sig . In contrast to extending the linear range, the proposed idea does not consume much extra power, since the linear range in (7) is not increased but just shifted by V int (V TH = V int ), as shown in Fig. 5 . Moreover, after moving the linear range, only the bottom part of v OUT is clipped, while its top part is away from V DD , and hence can be amplified. Because of this shifting of the linear range, we call this technique an SL. The concept of this technique was first proposed in [13] , and it will introduce considerable intermodulation between the frequency components of the input signal. Although this partly contributes to the TR demodulation, it can also degrade the system performance in specific situations, as we will see with the SIR measurements in Section IV.
By using (7)- (9), we can theoretically analyze the influence of G S , V clip , and V TH on G sig , G int , and G sig /G S , as shown in Fig. 6 . Fig. 6 (a) shows the normalized conversion gains
limiter. As long as V int < V clip , G sig and G int are constant and equal. When V int > V clip , both G sig and G int are compressed. However, the reduction of G sig is faster than the reduction of G int , degrading the SIR. On the other hand, if the middle of the linear range moves to V int , the limiter is changed to a shifted limiter [ Fig. 6(b) ]. Then, within the linear range [V TH , V clip ], G sig becomes larger than G int , improving the SIR. It is also interesting to investigate the relationship between the SIR improvement (G sig /G int ) and V TH in the SL. As shown in Fig. 6(c) , when V TH is changed from V TH1 to V TH2 (V TH2 = 2V TH1 ), the G sig /G int at V clip is improved from 7.8 to 11.9 dB while the related maximum G sig is reduced. Since V TH has to be adjusted to ensure that V int is always in the middle of the linear range, the SL will have better SIR improvement for a higher V int at the expense of G sig . The SIR improvement for different values of V TH is shown in Fig. 6(d) . On the other hand, if G S is reduced from 26 to 20 dB, as shown in Fig. 6(e) , G sig and G sig /G int (at V clip ) will be accordingly decreased by 6 and 3 dB, respectively. Hence, we can conclude that by using the SL, a higher G S can further improve the SIR and G sig . This is completely different from techniques that rely on linearization to be interferer robust [14] , [15] , which require a small G S .
C. SL for Interferers With Variant Envelopes
The above analysis is based on the assumption that V int = constant. However, when V int is not constant, the SL would be less effective due to the fact that the PDF of V int becomes unknown. To cope with a varying V int , an envelope tracking and adjusting (ETA) block is needed, which can reshape the V int to a constant envelope before the interferer reaches the SL. Fig. 7(a) shows the principle of the ETA in time domain. The ETA removes the variation in V int , and hence changes the unknown pdf of V int to PDF sin , which can be handled by the SL. Fig. 7(b) illustrates the principle of the ETA in the frequency domain. The variation of V int is regarded as an interferer sideband (Interf.2) around its fundamental tone (Interf.1), and the distance between them is BW int . Further, the distance between the Interf.1 and signal is f SI . The ETA is equivalent to an auto-gain-control block, whose specific target is to remove the Interf.2 while keeping the signal and Interf.1 unchanged. This can be achieved if the bandwidth of the ETA (BW ETA ) meets
Then, after the ETA, Interf.2 is greatly attenuated, resulting in an interferer with constant V int , which can be suppressed by the SL.
III. IMPLEMENTATION OF THE PROPOSED RECEIVER
A. Shifted Limiter
There are many possible ways to implement the SL. One implementation is shown in Fig. 8(a) , which is simply a differential pair with current mirror load. We assume V sig is very small and can be neglected, v IN is the input signal with amplitude ≈ V int , V D is the output biasing voltage for zero differential input to the differential pair, and v OUT is the total output signal. v IN is applied to the gate of M 1 and a dc voltage V P is applied to the gate of M 2 . Fig. 8(b) shows the simulated dc characteristics. When V P is 500 mV, the transfer function (red) with respect to v IN has a linear range, which is limited by V −CLIP and V CLIP and its slope is assumed to be a constant −G S . When V P is increased by V int (=0.1 V, for instance), the linear range of the differential pair is shifted away from v IN = 500 mV, realizing the SL. Hence, the large signal transfer function of the proposed SL can be ideally defined as
Compared with (7), (11) has an inverse slope polarity of the linear range and different dc levels of the clipping range. Furthermore, in contrast to the initial transfer function (red), the shifted one (blue) has a smaller linear range due to the fact that the increment of V P (= V P ) will increase V S (= V S ). Next, we would like to estimate the maximum output range of the SL. Since for an SL, V P = V int , by considering (11) and Fig. 8 , the peak-to-peak value of v OUT will be
Equation (12) defines the amplitude of the interferer at the output of the proposed SL. It is clear that a higher V D can decrease the interferer amplitude. Also, the linear part between V D and V S is not used for amplification if V P is exactly the same as V int . Fig. 8(c) shows the relationship between simulated normalized conversion gains ( V P = 0.1 V) and V int . As we see, if V P = V int , the SIR will be improved. This result well matches the theoretic analysis in Fig. 6(b) . On the other hand, (12) is valid only when V P = V int .
In practical design, it is difficult to exactly obtain the envelope information of a large signal. For example, if the mismatch between V P and V int is δV int , then (12) will be changed to
Suppose δ = 10%, G S = 26 dB, and V int = 0.1 V, the maximum output signal will be increased by 0.2 V. Then, for a 1 V V DD , the subsequent stage has to increase or shift its linear range by more than 20% to cope with this 10% mismatch. In the worst case, if G S δV int is higher than V D − V S , the transfer function with respect to v IN will become a typical limiter, which will degrade the SIR. To obtain an accurate V P , one possible solution is a feedforward control path [16] , but this uses too much power. In this paper, we design a feedback control loop [ Fig. 9(a) ], which consists of an SL and an envelope tracker. The envelope tracker is composed of an active diode M 6 , which works in weak inversion and a capacitor C P filtering out the RF signal such that only the positive envelope of v IN remains. The functionality of the SL can be realized if the closed-loop gain for the input envelope (G CL = V P /V int ) is close to 1, and then V P will be equal to V int , shifting the middle of the linear range of the differential pair to the positive interferer peaks. By tuning the biasing current I BET , g m6 (the transconductance of M 6 ) can be set to adjust the bandwidth of the ETA loop (BW ETA ).
To derive G CL , we first know that the gate-source input voltage of M 6 (v IN6 ) is (neglecting the small signal V sig sin ω sig t)
Then i OUT6 is represented as
where I 0 is a process-dependent current and W and L are the width and length of M 6 , respectively. n = 1.5 for weak inversion and V T = 26 mV at 300 K. We assume a sinusoidal v IN6 here, although the actual waveform [see Fig. 8(a) 
where
and J n is the nth-order modified Bessel function of the first kind. Due to C P , the high-order frequency components (k ≥ 1) can be neglected. Hence, (16) is approximated as
If (17) can be approximated as [17] 
Since i OUT6 only contains the dc term, the loop will force it to be equal to the bias current I BET , so G CL can be written as Fig. 9(b) shows the comparison between the simulated and calculated G C L for different values of V int and the error is less than 5%. The deviation at low amplitudes is not a problem, since the differential pair has sufficient linear range to handle the difference. With (13) and (19), we can now calculate the output interferer level
Equation (20) indicates that for a certain interferer amplitude V int , the proposed SL [ Fig. 9(b) ] can improve the interference suppression by decreasing I BET or G S . However, decreasing I BET will reduce BW ETA , which will determine the performance of the SL for AM interferers. Similarly, G sig is proportional to G S [ Fig. 6(e) ] and a large G sig is necessary for good sensitivity [5] . Therefore, a tradeoff between G S and BW ETA should be carefully considered. Moreover, combining (9) and (20), we can estimate the SIR improvement by
where α is the ratio between the fundamental and total power of the output interferer. 
B. Proposed Receiver Architecture
Fig . 10 shows the proposed RX front-end combing the TR and SL techniques. The SL is slightly different from Fig. 9(a) ; the differential-pair LNA is cascoded to reduce its output capacitance for maintaining the voltage gain at RF frequency. Multiple SLs are introduced to further improve the SIR in the presence of a large interferer. When the interferer is weak, single-ended linear LNAs with an active inductance load can replace the SL to save power. Before the downconversion, three RF paths (1-3) with different numbers of linear LNAs and SLs are realized on the same chip and can be selected for different interferer levels. Further, an input matching network with an external SMD inductor provides ≈12 dB passive voltage gain. The small signal gain (G S ) of each linear LNA/SL is ≈10 dB, and each RF path contains four LNA/SL stages, which provides ≈40 dB G S . Without an interferer, the simulated NF of the RF paths (from before the input matching network to before the ED) is around 12 dB. When an interferer is added, RF paths 2 and 3 will reduce G sig , as shown in Fig. 6 , and the NF will increase the magnitude depending on V int and G S . For example, when RF path 3 handles a −16 dBm in-band interferer at 5 MHz offset, the simulated NF degrades to 22 dB. Additionally, the ED contributes to the overall NF, and due to its self-mixing, this contribution depends on the absolute signal level [5] . The RF path is followed by an ED and a selection switch. The ED shown in [5] is adopted in this paper; it works in weak inversion, with an exponential V -I function. Compared with the ideal squarer, its high even order terms also contribute to frequency downconversion, increasing the conversion gain. After the ED, the dc term is rejected by ac coupling and the signal is downconverted to ( ω − ω IF ) by an IF mixer stage consisting of a transconductor and a current mode double balanced passive mixer, and then further amplified and filtered by a firstorder filter. The gain of the IF mixer + filter is around 40 dB, and the filter has a programmable bandwidth (10-100 kHz). Typically, ( ω − ω IF ) is chosen very low compared with ω, such that undesired products like 2 ω − ω IF (see Fig. 2 ) are sufficiently attenuated. In our measurements, for example, we chose ω = ω IF = 2π × 1 MHz (zero IF), and the filter set at 10 kHz bandwidth. Since the interferer has been greatly suppressed by the SLs and the processing gain of the TR [10 · log(spread bandwidth/data rate) = 33 dB in our case] before it is translated to the IF band, the phase noise performance of the IF clock is practically insignificant. An external crystal oscillator (for accuracy), which is not included in this paper, can be used as the IF LO. The power consumption of a 1 MHz crystal clock can be as low as 10 μW [18] .
The cascade of SLs in Path 2 and Path 3 in Fig. 10 poses an extra challenge. The output of a single SL is clipped half of the time to V DD (see Fig. 8 ). A subsequent SL can only adapt its linear range to the positive side of the signal, which is the clipped part, containing no information. Therefore, the SL chains in Paths 2 and 3 are realized with alternatingly n-type and p-type SLs, as shown in Fig. 11 .
Logic for switching between the paths is not included in this paper, but could be based on simple clip detectors, as explained in Section IV.
IV. MEASUREMENT RESULTS
The proposed RX was fabricated in a 65 nm CMOS process. The micrograph is shown in Fig. 12 and the active area is 0.225 mm 2 . The prototype is bonded to a 40-leads QFN package, which is mounted on a PCB for measurement.
To measure the SIR improvement of the SLs, a two-tone input is provided to the chip and Path 3 is selected as active path. An on-chip test buffer with ≈30 dB attenuation after the final SL of Path 3 is used to output the RF signal of the SL chain. The corresponding spectrums are shown in Fig. 13 . The desired signal is −61 dBm and is located at 915 MHz. The interferer is 45 dB larger than the desired signal while the frequency distance between them is 5 MHz. Then, after the input matching network, SL chain, and output buffer, the SIR of the SL chain is improved by 35 dB. Meanwhile, a strong IM3 arises at the output spectrum. This is caused by the intermodulation between the signal and the interferer [19] . Intuitively, such a strong IM3 will deteriorate the SIR of the RX in the case the interferer is very close to the signal. We will get back to this at the SIR measurements. Fig. 14 shows measured performance of a single SL (the first one in Path 3) for an AM interferer. The output power spectrum of this SL is obtained by using another on-chip test buffer (with ≈18 dB attenuation). The related input power spectrum is shown in Fig. 14(a) . The frequency distance (BW int ) between the fundamental tone (Interf.1) and sideband (Interf.2) of the interferer is 400 kHz, while the distance ( f SI ) between the signal and Interf.1 is 3 MHz. The levels of signal, interf.1, and interf.2 are −56, −16, and −46 dBm, respectively. In order to obtain a sinusoidal PDF, the BW ETA has to meet (10) . A narrow BW ETA (BW ETA < BW int ) will result in a spectral regrowth of the interferers, while a wide BW ETA (BW ETA > f SI ) will remove the desired signal, which is then regarded as a sideband of Interf.1. Fig. 14(b) shows the output spectrum of the SL for I BET = 5 nA. The SIR between the signal and Interf.1 is improved by 10 dB. However, the SIR between the signal and interf.2 remains unchanged and some undesired IM products arise. To avoid this spectral regrowth, we increase I BET to 50 nA, the related output spectrum is shown in Fig. 14(c) . Compared with Fig. 14(b) , the IM products disappear except for two dominating IM3s, and the level difference between the Interf.2 and the signal is ≈0. However, the SIR between the signal and Interf.1 is reduced by 5 dB. This can be understood by (20) , which shows that v OUT (≈ level of Interf.1) is proportional to I BET . Fig. 14(d) shows the relationships between the conversion gain of the signal (G sig ), Interf.1 (G int1 ), interf.2 (G int2 ), and I BET . Higher values of I BET will widen BW ETA , and hence increase G int1 slowly and reduce G sig and G int2 simultaneously. However, G int2 is reduced more rapidly than G sig , which is due to the fact that the ETA loop is fast enough to track and reduce Interf.2, while it is too slow to decrease the signal significantly. Therefore, increasing BW ETA (I BET ) can help to reduce the sidebands of an AM interferer. The price we have to pay for a wider BW ETA is a worse SIR improvement between the signal and Interf.1. Given the uncertainty of the exact interferer scenario, I BET can be chosen as the result of a compromise between these metrics.
The SIR of the whole TR RX for different Paths (1/2/3) is measured and shown in Fig. 15 . The TR signal is centered at 915 MHz and generated by the testing equipment. The data rate of the BPSK data is 10 kb/s, the symbol rate of the spreading sequence m(t) is 20 Mb/s, and the frequency offset ω is 2π × 1 MHz. The measured sensitivity varies between −76 dBm for Path 1 (all LNA) and −61 dBm for Path 3 (all SL) with power consumption between 135 and 175 μW from a 1 V supply. Compared with Path 1, the sensitivity in Path 3 is reduced by 15 dB. This is due to the fact that without the interferer, the desired signal is so small that the input amplitude of each SL in Path 3 is dominated by the wideband Gaussian noise from the prior stages. The Gaussian pdf of the noise power is the highest around zero amplitude. The ETA, however, moves the linear range in the direction of the positive peak of the noise, compressing G sig . The TR signal is combined with a sinusoidal interferer and then sent to the proposed RX. As shown in Fig. 15(a) , the signal power is 3 dB higher than its sensitivity, and the interferer frequency is swept in the band of interest. At each interferer frequency, the SIR of the RX can be determined by increasing the interferer power until the BER become worse than 10 −3 . The related measured result is shown in Fig. 15(b) , the SIR for Path 1/2/3 is −8/−26/−50 dB, and hence, the advantage of the SLs can clearly be observed as the SIR is improved by 42 dB from Path 1 to 3. The maximum tolerated interferer power of the RX is up to −8 dBm, which is limited by the input window of the first SL and determines the maximum SIR. The SIR of the other paths is also limited by compression. This is because the ED needs a rather strong signal to be effective, so there is very little headroom for an interferer. For example, the simulated 1 dB compression point of path 1 is −63 dBm. This is very close to the measured sensitivity (−76 dBm) +3 dB (used in the SIR measurement) +8 dB (measured 1/SIR) = −65 dBm. Similarly for Path 2, where the simulated 1 dB compression point after the two LNA stages is −41 dBm, which is close to the measured sensitivity (−70 dBm) +3 dB +27 dB (measured 1/ SIR) = −40 dBm. As a consequence, as long as an interferer does not compress a path, the SIR in this path is always sufficient to get proper demodulation, and switching between the paths can be based on simple clip detectors.
We also observe some worst case peaks at 914.5/915/ 915.5 MHz in Path 2/3 (see the zoom-in view figure for Path 3) despite using the TR modulation. As mentioned in Section II-B, this is caused by intermodulation between the signals and the interferer. When we model the third-order intermodulation in the shifted limiter, we see that single tone interferers at ω sig ± (0, (1/2) ω, ω, (3/2) ω) produce nonspread intermodulation products at ω after the ED. In the measurements, we see that only the BER at spacing 0 and (1/2) ω is compromised. We hypothesize that the intermodulation products at the other spacings are insufficient to ruin the BER, because the magnitude of these products decreases as they get further from the signal frequency, but this should be further investigated. Fig. 16 shows the relationship between the SIR and the interferer symbol rate in Path 3. First of all, an ASK-modulated interferer (50% modulation depth and 920 MHz center frequency) is used to replace the sinusoidal one in the previous setup, and the signal center frequency is still 915 MHz. As we expect, for a narrow ETA BW (I BET = 2.5 nA), the SIR is deteriorated when the interferer symbol rate is increased. As a comparison, for a wider ETA BW (I BET = 75 nA), the SIR is effectively improved. Later, a GMSK-modulated interferer (920 MHz center frequency) is adopted. Since the GMSK-modulated interferer has a constant envelope (PDF sin ), the related SIR is as good as the one using a sinusoidal interferer (−50 dB) even though the ETA BW is very narrow (I BET = 2.5 nA). Thus, because of the TR and SL, our proposed RX is robust to interferers with constant or slowvarying envelopes, so the performance will deteriorate for wideband interferers or multiple widely spaced strong interferers, which cannot meet the restriction in (10) . Compared with the ED-based [8] (low power setting) and superheterodyne RXs [2] , our in-band SIR at ±1/3/5 MHz offset is improved by 31/31/31 and 47/28/23 dB, respectively, although the power consumption is three and two times higher. Sensitivity is 5 dB better than [8] and 36 dB worse than [2] . The performance comparison between this paper and other state of the arts is summarized in Table I. V. CONCLUSION This paper presents a 175 μW 915 MHz 10 kb/s RX for WSN applications. TR modulation is introduced to enhance interference and fading robustness and reach fast synchronization. To further improve the interference robustness, the SL is proposed. Compared with the RX using TR modulation only (Path 1), the RX using both TR and SL (Path 3) can improve the in-band SIR (at ±1 MHz offset) by 42 dB, while the corresponding power consumption is just increased by 40 μW. Interference robustness of the SL is limited by the speed of the ETA loop, which can track AM interferers up to a bandwidth of approximately 1 MHz. Due to its low power, moderate sensitivity, and high selectivity, the proposed RX is suitable for low-power short-range communications in bands with severe narrowband interference.
APPENDIX
The conversion gain of the signal (G sig ) and interferer (G int ) can be derived by using the double-Fourier series [20] , which are given below
× sin θ 1 dθ 1 dθ 2 (A.1)
where θ 1 = ω sig t and θ 2 = ω int t. Therefore, the SIR changing (= G sig /G int ) of the LNA can be estimated if its transfer function is known. What is more, if V sig is close to 0, (A.1) and (A.2) can be approximated as
(A.4) Using x to replace V int sin θ 2 , (A.3) can be modified to
where 1/(π(V 2 int − x 2 ) 1/2 ) is the PDF of a sinusoidal wave with amplitude V int (PDF sin ). Equation (A.5) shows that the effective signal conversion gain is not only depending on the interferer amplitude, but also the transfer function f (x). Particularly, with the conditions in (7), we assumed f (x) = 0 outside the linear range and f (x) = G S within the linear range, and thus the integral interval in (A.5) will be changed to the linear range. Finally, we have
(A.6)
In the same way, the conversion gain of a differential shifted limiter could be calculated, in which case the integral intervals should be separated into two parts, which are from −V clip to −V TH and from V TH to V clip , respectively.
